An IF Module for Wide-Bandwidth

Signals

The HP 70911A IF module provides the HP 71910A receiver with
wideband demodulation and variable bandwidths up to 100 MHz, while

maintaining the gain accuracy of a spectrum analyzer.

by Robert J. Armantrout, Terrence R. Noe, Christopher E. Stewart, and Leonard M. Weber

The HP 70911A IF module provides much of the new func-
tionality present in the HP 71910A microwave receiver. From
the start, the primary design goal of the HP 70911A was to
overcome the 3-MHz IF bandwidth limitation of existing
Modular Measurement System (MMS) spectrum analyzers. At
a minimum, we wanted a tenfold increase in bandwidth, but
really hoped to achieve 100 MHz. Although bandwidth was
the major design focus, several other goals were also impor-
tant, including:

Accurate gain

Variable bandwidths

Pulse detection

Direct connection to demodulators

FM demodulation

1-Q down-conversion.

Of these goals only the first three are usually considered in
spectrum analyzer IF design. The others were based on the
need to better address the more complex signals employed
in modern communication and radar systems.

Given the range of bandwidths required, previous spectrum
analyzer IF design work has concentrated on center frequen-
cies of 3 or 21.4 MHz. Obtaining the accuracy and stability of
both gain and bandwidth required even at these IF frequen-
cies has always been challenging. While there are a number
of well-understood design alternatives and approaches avail-
able for 21.4-MHz and 3-MHz IFs, they did not exist for the
321.4-MHz center frequency chosen for the HP 70911A. Be-
cause of this some degradation of accuracy and stability was
anticipated, and the design team was anxious to minimize
any such degradation.

Fortunately, advances in both components and fabrication
techniques were underway that were applicable to the
needs of the project. The increasing availability of wide-
bandwidth RF components in surface mount packages and
the growing internal repertoire of surface mount manufactur-
ing expertise suggested that the performance goals could be
achieved without the need for internal microcircuit develop-
ments.

The resulting design makes extensive use of surface mount
technology to achieve the goal of 100-MHz bandwidth at the
321.4-MHz center frequency while maintaining the excellent
gain accuracy and stability expected of spectrum analyzers.
In addition, optional down-conversion and demodulation

features extend the utility for wide-bandwidth signals with
complex modulations.

Fig. 1 shows the major internal functional blocks that make
up the HP 70911A. A detailed discussion of the design con-
siderations for these blocks is given below. Note that the
module is partitioned into standard and option sections. An
option cardcage, similar to that offered in the HP 859xE
Series spectrum analyzers, provides a standard interface for
all options.

Variable-Bandwidth Design

The following discussion is divided into three parts. The first
part gives some background about the design of variable-
bandwidth filters. The second part describes an alternative
design that was considered and proven for 1-MHz-to-
10-MHz bandwidths, but not included in the final product
release. The final part discusses the design of the 10-MHz-
to-100-MHz bandwidths of the HP 70911A.

Background. To serve as background material for describing
variable-bandwidth filter design, the design approach used
in the HP 70903A IF module is described here. The HP
70903A was the predecessor of the HP 70911A and used the
synchronously tuned class of filters.

Synchronously tuned filters consist of several poles with the
same center frequency and Q* with buffering between the
stages. There are several advantages to using this particular
topology, foremost being the excellent pulse response of
these filters. This response allows for fast sweep speeds on a
spectrum analyzer. Since we are trying to create a continu-
ously variable bandwidth over a large adjustment range, it is
also important to have a filter that can be easily adjusted.
Synchronously tuned filters are easy to tune and are tolerant
of a slight misalignment in different stages. Also, unlike
other bandpass topologies, the Q of each stage is less than
the final required filter Q.

To make these stages variable-bandwidth, a series resistance
is added to reduce the Q of each of the individual stages.
The individual stages look like the circuit in Fig. 2. The
bandwidth of this circuit is given by the following equation:

BWitage = (Rs +Rp)/(2MICR4Rp)

* Here Q is filter quality factor, not quadrature as in I-Q modulation.
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Fig. 1. Block diagram of the HP 70911A IF module.

where Ry, is the equivalent parallel resistance across the tank
circuit and Ry is the series Q-reducing resistance. By adjust-
ing Ry, the bandwidth can be adjusted continuously. Ry, is
the combination of the input impedance of the buffer stage
and the equivalent parallel resistance of the tank circuit.

By cascading several of these individual stages, a synchro-
nously tuned filter with the desired bandwidth can be
created. The equation for the bandwidth of an n-stage syn-
chronously tuned filter is:

1
BW o = BWiage (2R - 1)
The typical HP spectrum analyzer has four or five stages in a
synchronously tuned filter, which results in individual stage
bandwidths of 2.3 to 2.6 times the overall filter bandwidth.

To implement a continuously variable synchronously tuned
filter, the series resistance is created by using p-i-n diodes as
variable resistors. The p-i-n diodes used are optimized as
current-controlled RF resistors. The RF resistance varies with
forward bias current according to the following relationship:

R =al("bh

Amplifier Amplifier

Fig. 2. RLC tank circuit with a series resistance (Rg) for adjustment.
This circuit represents one stage of a synchronously tuned filter.
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where a and b are constants and I is the forward bias current
in the diode.

This resistance characteristic holds for frequencies above the
low-frequency limit, which is set by the minority carrier life-
time of the p-i-n device. Below that frequency the devices
behave like ordinary p-n junction devices and rectify the
signal. This results in distortion effects that can limit the dy-
namic range of the filter. The recommended operating fre-
quency is ten times the low-frequency limit, which is given
by the following equation:

_1
fmin = EJ'E‘[
where T is the carrier lifetime. To minimize the distortion
effects from rectification, often several p-i-n diodes are used
in series to minimize the signal voltage across each individ-
ual diode (see Fig. 3).

This topology depends on a low impedance driving the p-i-n
diodes and a high impedance buffering the tank circuit.
Typically an FET buffer amplifier is used as the amplifier at
the output of each stage because of its high input imped-
ance. Care must be taken in the design of this amplifier to
avoid distortion problems caused by the large signal voltage
across the tank circuit. Keeping the nonlinear junction
capacitance of the FET buffer amplifier small compared to
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Fig. 3. RLC tank circuit with p-i-n diodes in place of a series
resistance.



the capacitance of the overall tank circuit minimizes these
distortion effects.

Adjusting the current in the p-i-n diodes can provide contin-
uously variable bandwidths over a large range. Usually a
digital-to-analog converter (DAC) is used to control the cur-
rent in the p-i-n diodes and allow for setting different band-
widths.

This method of varying the bandwidth of the filters works
very well with one slight problem. The series resistance in
combination with the parallel resistance across the tank cir-
cuit creates a voltage divider. Varying the series impedance
into the tank circuit not only changes the filter bandwidth,
but also changes the loss through the filter as well. This am-
plitude change is an undesirable side effect. Several methods
have been used to compensate for this change in amplitude.

One of the methods that has been patented by Hewlett-
Packard uses feed-forward compensation (see Fig. 4). This
method has several advantages over previous schemes that
rely on feedback for amplitude compensation. The idea is to
sum the proper signal at the output node to offset the drop
across the series resistance element.

By summing a properly scaled version of the input signal
back into the output node with a compensation resistor R,
the voltage drop across Rs can be canceled. By setting

K = 1+R./R;, the voltage at the output node is always equal
to Vip, independent of R.

Since R, is determined by the Q of the tank circuit and the
input impedance of the FET buffer amplifier, it does not vary
with bandwidth. Thus R¢ can be adjusted for each pole of
the filter to compensate for amplitude variations. Variations
in R, over temperature can be compensated by using a
thermistor in the R circuit to cancel their effect.

Summing a scaled version of Vi, into the output node with-
out introducing significant amounts of noise and distortion is
accomplished in some HP IF circuits with a transformer cir-
cuit. By adding a primary winding to the tank inductor a
transformer is created with a one-to-four turns ratio (Fig. 5).
This sets the value of K to be four and determines the value
of R. for a given R as: Re = 3R;,. Using a transformer with a
one-to-four turns ratio yields an impedance transformation of
1 to 16. Thus, a resistor on the primary side of the trans-
former looks like 16 times the resistance from the secondary
side. Feeding the primary side of the circuit from Vy, through
a compensation resistor requires a resistance of:

R = 3R,/16.

Cascading several of these stages together implements a
synchronously tuned filter that has a continuously variable
bandwidth and no change in amplitude.

Fig. 4. Topology for a feed-forward amplitude compensation circuit.
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Fig. 5. Feed-forward amplitude compensated RLC tank circuit.

The HP 70903A uses four of the stages shown in Fig. 5 to
implement bandpass filters with bandwidths adjustable from
100 kHz to 3 MHz at a center frequency of 21.4 MHz.

Design for 1-MHz-to-10-MHz Bandwidths. In the HP 70911A IF
module we originally wanted to have continuously variable
bandwidths down to 1 MHz at a center frequency of 321.4
MHz. This required an overall Q of 321.4. Even with several
cascaded stages in a synchronously tuned configuration, the
individual poles still required a loaded Q greater than 120.
To achieve a loaded Q this high requires a device that be-
haves as a resonant circuit with a much higher unloaded Q.
At a center frequency of 321.4 MHz there are very few
choices of resonators that can achieve a Q this high. Given
the size constraints of fitting on a PC board inside an MMS
module, the possible solutions to this design problem were
limited.

Some of the traditional choices for high-Q resonators in this
frequency range include helical resonators and transmission
line resonators. The size of either of these choices was the
biggest obstacle to their use in the HP 70911A module.

A new resonator technology was found that met all of the
constraints. This resonator is a quarter-wavelength shorted
coaxial transmission line formed from a high-dielectric-
constant ceramic material. The dielectric constant of the ce-
ramic is approximately 90.5, which yields a length of less
than 1 inch at 321.4 MHz for a quarter-wavelength resonator.
The coaxial resonators are formed with a square outer con-
ductor 0.238 inch on a side and a circular inner conductor of
0.095-inch diameter. These dimensions are small enough to
mount four of these resonators on a single printed circuit
board with the appropriate circuitry to create a four-pole
synchronously tuned filter. The unloaded Q of these ceramic
coaxial resonators at 321.4 MHz is around 220.

A shorted transmission line (Tt) behaves like a parallel RLC
resonant circuit at a center frequency corresponding to a
quarter wavelength of line. An equivalent RLC lumped-ele-
ment model for this circuit can be calculated by matching
the slope of the reactance change with the frequency of the
transmission line circuit at resonance to an equivalent RLC
circuit (Fig. 6). The equivalent parallel resistance can be cal-
culated from the Q of the resonator.

To implement a synchronously tuned filter all of the stages
need to be aligned to exactly the same center frequency. By
adding an adjustable capacitance in parallel with the shorted
transmission line the stages can be pulled into alignment
with the center frequency. This requires that the resonant
frequency of the resonator be higher than the final required
center frequency because the added parallel capacitance will
lower the resonant frequency.
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Fig. 6. Equivalent circuit for a ceramic resonator.

The resonator chosen for the HP 70911A investigation was
cut to a length that corresponded to approximately 360 MHz
so that it could be pulled into alignment at 321.4 MHz. Using
varactor diodes for the parallel capacitance allows the align-
ment of all of the center frequencies using a DAC under
automated computer control.

For a square transmission line with a round center conductor
the characteristic impedance of the line can be approximated
by the following formula:!

~ 60 [ W]
7y = In|1.079=-|ohms
" e d

where w is the width of the square transmission line, d is
the diameter of the coaxial element center conductor, and €,
is the relative permittivity of the dielectric.

From the dimensions given above for coaxial resonators, Zg
is calculated to be approximately 6.3 ohms. Using the formu-
las given for R, L, and C in Fig. 6, the equivalent circuit of
the resonator looks like Fig. 7.

To implement a four-pole synchronously tuned filter, the
final Q of each stage needs to be 140 to meet the final de-
sired bandwidth of 1 MHz. This implies a total parallel
equivalent resistance of 1004 ohms. Since the resonator par-
allel resistance is only 1765 ohms, the total impedance of the
circuit that buffers each stage must be greater than 2327
ohms. It is a challenging design task to generate a buffer
stage with that high an impedance at a frequency of

321.4 MHz. To attain a maximum bandwidth of 10 MHz the
equivalent parallel resistance needs to be 100.4 ohms.

The circuit topology used for the 10-MHz to 100-MHz band-
widths, which is discussed in the next section, worked well
at the lower Q levels, but was unable to provide the high
impedance necessary for the minimum bandwidth of 1 MHz.
To attain the high impedance needed, a GaAs FET buffer
stage is used across the resonator (see Fig. 8). The driver
stage is a common-base configuration so the output imped-
ance level can be set high enough to be stepped up by a
tapped-capacitor transformer circuit, which is similar to the
10-MHz-to-100-MHz bandwidth circuit. The varactor diodes
used to vary the capacitive taps have a tuning range of ap-
proximately 10 to 1.

s
-

Fig. 7. Circuit values for the ceramic resonator’s equivalent circuit.

1765 3.55nH
Ohms
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Fig. 8. Resonator with circuitry for bandwidth and center frequency
tuning.

For a tapped-capacitor transformer the effective turns ratio is
given by: N = C,/C; + 1. The impedance ratio varies with N2,
This impedance ratio provides the required bandwidth range
but there is a drawback. The tapped-capacitor transformer
also steps up the signal voltage at the input of the FET am-
plifier. This leads to distortion problems. The solution was to
step the voltage back down with a fixed-ratio tapped-capaci-
tor transformer (see Fig. 9). This keeps the voltage at the
FET down to a level that keeps the distortion within allow-
able limits.

Varying C; and Cp, can set the desired bandwidth from

2.3 MHz to 23 MHz for each pole. C. is used to adjust the
center frequency to 321.4 MHz for each pole. Since the ef-
fective capacitance across the resonator changes as the tap
capacitors are varied, the center frequency needs to be re-
adjusted as the bandwidth is varied. This is accomplished
with varactor diodes driven by DACs and a lookup table
containing the appropriate voltage settings for each band-
width in 10% increments over the entire range of band-
widths. Cascading four of these stages as a synchronously
tuned bandpass filter yields an overall bandwidth of 1 MHz
to 10 MHz.

Design for 10-MHz-to-100-MHz Bandwidths. The dynamic range
limitations of the resolution bandwidth filter design ap-
proaches described above meant that they would not work
for the HP 70911A. A different approach was needed. A syn-
chronous type of filter was still desired because synchronous
filters have low group delay variation. This is a requirement
for good pulse fidelity, which was one of the goals for the
HP 70911A. A five-resonator synchronous filter was chosen
for the shape factor requirements and the range of band-
width desired. These are two conflicting requirements
because, unlike other filter types, increasing the number of
resonators in a synchronous filter decreases the required Q
of the individual resonators. For the required maximum

Amplifier 01;_72‘ CCJf‘

T

Fig. 9. 1-MHz-to-10-MHz bandwidth filter stage.
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bandwidth of 100 MHz at a resonant frequency of 321.4
MHz, the fractional bandwidth of the composite filter is over
30%, and with five resonators, each tank would have a frac-
tional bandwidth of over 80% of its center frequency.

A variable resonator with low insertion loss and low distor-
tion was needed. Existing variable-bandwidth filters changed
the Q of the resonator by varying its load resistance. For a
five-resonator synchronous filter:

Qsection = Qoverall X le/S -1
For the 10-MHz bandwidth,

= (321.4/10) x V25 -1 = 1239

and for the 100-MHz bandwidth,
Qsection = (321.4/100) x V215 -1 = 1.24

For a single resonator, the bandwidth would be 26 MHz for
the composite filter to have a 10-MHz bandwidth and 260
MHz for a 100-MHz setting. That means that a parallel reso-
nator with an impedance of about 35 ohms at resonance
would need to see a parallel resistance of between 45 and
450 ohms.

Qsection

One of the ways the Q was changed in previous variable-
bandwidth filters was to change the loading on the resonator
with p-i-n diodes. A current source drove a series of p-i-n
diodes connected to the top node of the resonator, which
was connected to a high-impedance amplifier.

This is a good solution since p-i-n diodes act like inexpen-
sive electronically controllable RF resistors. Distortion in p-
i-n diodes can be reduced by putting a lot of them in series
and using the same bias current. This method was tried but
there was a problem. For the narrow bandwidths, a large RF
voltage is present at the top node of the resonator. When
this voltage is applied to the gate of a FET or the base of a
bipolar junction transistor, the junction capacitance is varied
by the RF voltage, causing distortion. At 21.4-MHz or 3-MHz
center frequencies where this scheme has been used, the
change in impedance because of this parasitic varactor is not
significant. At 321.4 MHz the degradation in the third-order
intercept is too great given the aggressive goals of the HP
70911A.

It seemed wise at 321.4 MHz to avoid high impedances, high
RF voltages, and noise-figure-degrading p-i-n diodes. Trans-
forming our characteristic impedance of 50 ohms up and
then down using reactive transformations would allow us to
avoid high-impedance amplifiers and p-i-n diodes. A capaci-
tive transformer could be implemented with varactors to give
us the desired continuous bandwidth variation. However,
reference texts suggest that capacitive transformers should
be used in cases where the resonators are only operated up
to 20% bandwidth. In the HP 70911A, the resonators need to
operate up to 81% bandwidth. It seemed like there was little
hope of getting this scheme to work, but it was tried any-
way.

With this topology the only place that there would be high
RF voltages is at the top node of the resonator. Since there
were going to be varactors at that node, there was concern
about distortion. This was solved by putting the varactor

diodes in a back-to-back configuration so that there would

Fig. 10. Resonator for 10-MHz-to-100-MHz bandwidth. The
variable capacitors are varactor diodes.

be some cancellation of the effect of the RF voltage (see
Fig. 10). In this circuit, when the upper varactor increases in
capacitance because of a positive swing of the RF voltage,
the lower varactor decreases its capacitance, canceling out
the change. Thus, the distortion problem was minimized.

The main effect of trying for over 80% bandwidth with ca-
pacitive taps is a nonideal filter shape (Fig. 11). At the wider
bandwidth settings the upper tap capacitors are much larger
than the lower tap capacitors. The circuit resembles a high-
pass filter and doesn’t have the ideal resonator rejection
above resonance. This can be compensated by adding series
inductors that will resonate with the upper tap capacitors
(Fig. 12). The bandwidth of these outer resonators is high
enough for the maximum bandwidth desired. As the main
resonator bandwidth is decreased the outer resonator shifts
up in frequency because the upper tap capacitance de-
creases. This shift does not cause trouble since the outer
resonator has a bandwidth that is high regardless of the tap
setting because of its 50-ohm loading on one port and vari-
able loading on the other port.

The main resonator impedance was chosen to be 35 ohms at
resonance so that for the widest bandwidths the Q-reducing
resistance required was greater than 25 ohms (50 ohms at
the input in parallel with 50 ohms at the output). Once that

0.0
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A deal
¥ With Series L

Fig. 11. The nonideal filter shape that results from using capacitance
to achieve over 80% bandwidth.
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Fig. 12. Resonator compensated by adding series inductors that
will resonate with the upper tap capacitors.

was decided, the values for L and C were easy to calculate.
One of the complications of using the tapped capacitors is
that the equivalent capacitance in shunt with the tank induc-
tor changes with the bandwidth. This problem is solved by
using DACs to control the voltages of all the varactors. A lot
of calibration ROM space is required to support this circuit
topology. All five resonator circuits have the lower and up-
per tap varactors ganged together (see Fig. 13). The shunt
tank capacitors are connected to separate DAC outputs al-
lowing independent control of the center frequency of each
resonator.

The resonator circuit shown in Fig. 13 is used in the HP
70911A. The insertion loss for this circuit is less than 6 dB
for the 26-MHz setting and about 1 dB at 260-MHz band-
width. The third-order intercept point is about +29 dBm re-
ferred to the output for all settings. Group delay variation is

less than half a nanosecond in wide mode and about 3 ns
for the narrow-bandwidth setting.

Accurate Gain

The gain accuracy of the HP 70911A IF module depends on
the gain of the seven step gains and the five filter poles and
the accuracy of the calibration attenuator. How gain accuracy
is achieved in each of these elements is discussed below.

Calibration Attenuator. The calibration attenuator is used dur-
ing self-calibration of the HP 71910A receiver. The customer
performs receiver self-calibration periodically to ensure that
the receiver meets all of its specifications. This procedure
measures and corrects several aspects of receiver perfor-
mance. Among other things, it measures the gain of the step
gain and attenuator stages and measures and corrects dis-
played linearity errors in the linear detector.

Since the calibration attenuator is used as a reference stan-
dard against which other parts of the receiver are measured,
it is essential that the attenuator yield accurate and stable
gain over the receiver’s specified 0-to-55°C operating tem-
perature range. Over this range, and over the attenuator’s
0-dB-to-13-dB attenuation range, accuracy is guaranteed
within 0.3 dB at 321.4 MHz.

At these frequencies, variable attenuators are traditionally
designed using semiconductors with bias dependent resis-
tivity. Examples would be p-i-n diodes with a current depen-
dent resistance or GaAs FETs with a resistance that depends
on gate voltage. Unfortunately, these types of attenuators do
not demonstrate the required temperature stability. For this
reason, the calibration attenuator was designed as a series of

@
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29 pF
2200 pF 2200 pF
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1kQ
470 nH
29 pF
= 2200 pF
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*Center Frequency
*DAC Inputs Adjust
*Upper Tap *Lower Tap

Fig. 13. Circuitry for one pole of the IF bandwidth filter showing the upper and lower tap varactors ganged together.
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fixed switchable attenuator sections (Fig. 14). The 1-dB
through 8-dB attenuator stages are pi attenuators made with
surface mount thick-film resistors. The 0.25-dB through
0.03-dB attenuator stages could not be designed as pi atten-
uators because the resistance values required for these very
low attenuation values would not be achievable at 321.4

MHz.

Instead of trying to figure out a way to build a 0.03-dB atten-
uator, we built a 6-dB tee attenuator with an attenuation we
could vary slightly. This was done by changing the resis-
tance of the shunt element of the 6-dB attenuator. By switch-
ing around small resistors in series with much larger ones,
very small attenuation steps can be realized. Changing only
the shunt element in this attenuator does cause the attenua-
tor’s return loss to vary across its 0.5-dB attenuation range,
but this effect is small enough to be acceptable.

With standard 1% tolerance resistors, the attenuation accu-
racy of this circuit will not be exact enough without align-
ment. During alignment of the HP 70911A, each 1-dB cali-
bration attenuator step is measured and corrected to the
desired value by turning on the appropriate combination of
small attenuator steps. This alignment data is then stored in
EEPROM.

Step Gains. The purpose of step gains is to substitute a
known fixed gain ahead of the detector to enable accurate
measurement of low-level signals. The ideal step gain has a
0-dB gain state and a 10-dB gain state. The implementation
in the HP 70911A is shown in Fig. 15. The 0-dB (bypass)
path actually has approximately 2 dB of loss, while the
10-dB (gain) path has approximately an 8-dB gain. The goal
of the circuit is to make the gain difference between the
0-dB and 10-dB states exactly 10 dB. The variable attenuator
in the gain path allows the gain to be trimmed to achieve
this accurate gain difference. During alignment the DAC val-
ues required to trim the gain are determined for each of the
step gains from measurements made at 0, 25, and 55°C.
These DAC values are stored in EEPROM tables which are
consulted by the module firmware during operation. As
mentioned above, the calibration attenuator is used during
calibration to measure the actual gain step value. In addition,
because the calibration attenuator is accurate to within

Fig. 14. The calibration attenuator
is designed as a series of switch-
able attenuator sections.

0.3 dB, it can be used in conjunction with the step gain to
provide accurate 1-dB gain steps over most of the 70-dB
gain range.

Filter Pole Gain. As discussed above, bandwidth variation is
obtained with a controlled variation of the Q of the filter
pole. Because of this, the gain of the filter pole also varies
with bandwidth. It is necessary to compensate for this gain
variation if the module gain is to be accurate for all band-
widths. Since bandwidths are in 10% steps (10, 11, 12.1, ..),
there are a finite number of bandwidths for which gain com-
pensation is required. Associated with each filter pole is a
programmable gain block (see Fig. 16). This gain block is
used to provide the necessary gain compensation. The DAC
values for this compensation are determined during align-
ment and stored in EEPROM tables, which are consulted by
the firmware each time the bandwidth is changed.

In addition to controlling the nominal gain of the filter pole
these programmable gain blocks also play a role in tempera-
ture compensation of the overall gain of the module. Gain
drift with temperature is most troublesome during warmup.
For this reason, the temperature of the module is monitored
during warmup and the temperature value is used to adjust
the gain to keep the output levels relatively constant. The
warmup period is defined as the first hour after the module
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Fig. 15. A block diagram of the step gains in the HP 70911A.
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Fig. 16. A representation of a programmable gain block.

DAC Control

is powered on. During this period the temperature is mea-
sured once per minute and the rate of change is used to
determine the size of the gain adjustment required. After the
warmup period, the gain is stable for small changes in tem-
perature so this compensation mechanism is disabled.

The module firmware orchestrates gain changes based on
sampling a temperature sensor voltage with an ADC. The
ADC values are used to calculate the gain change based on
the following equation:

Vi — Vy Gp
Vss — Vn

where V, is the voltage representation for the current tem-
perature, Vy, and Vss represent the voltage values for 25 and
55°C respectively, and Gy, is the peak gain change between
25 and 55°C for each bandwidth. Gy, is determined during
alignment.

The gain change calculated is used to index into an EEPROM
table to determine the DAC value necessary to achieve the
desired gain. The DAC-value-versus-gain relationship is de-
termined and stored during factory alignment.

Pulse Detection

The linear detector allows the receiver’s user to recover AM
and pulse modulation from the input signal. It strips the car-
rier from the input signal and leaves only the envelope

(Fig. 17). The resulting envelope information can then be
displayed on an oscilloscope, allowing the user to analyze
the modulation or transient characteristics of the input signal.

The key performance specifications for the detector are
bandwidth, dynamic range, and pulse fidelity. We would like
the detector bandwidth to be much wider than the IF mod-
ule’s bandpass filters so that it does not limit the IF module’s

N
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Fig. 17. (a) Input to the linear detector. (b) Output from the linear
detector after the carrier is stripped off.
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bandwidth. The bandpass filters have a maximum bandwidth
of 100 MHz, which is equivalent to 50 MHz after detection.
The detector is guaranteed to have at least twice this band-
width, or 100 MHz. Dynamic range is a measure of the lin-
earity of the detector. This is measured by changing the
input RF voltage in 1-dB steps and measuring the resulting
change in the dc output voltage. Ideally, it should also
change by 1 dB. Our specification guarantees that over a
26-dB range, this change will be accurate within 3%.

Previous linear detectors in HP spectrum analyzers have
achieved this performance, but at much lower IF frequencies
of 10.7 or 21.4 MHz. Achieving this performance at 321.4 MHz
was the most challenging aspect of this design. A schematic
of this circuit is shown in Fig. 18. Q1 is a common-base
buffer stage that drives Q2, which is the detector transistor.
Q2 and CRI1 each act as half-wave rectifiers. Positive half
cycles of Q1’s output current flow through CR1 to ground.
Negative half cycles flow through Q2’s emitter and collector
and develop a voltage across R1, the load resistor.

The fundamental linearity problem is that the input imped-
ance of Q2 varies dramatically with signal level. With no
input signal, Q2 is biased at 120 PA. This yields a dc resis-
tance looking into the emitter of 217 ohms. At full-scale out-
put, the dc emitter current is 10 mA, reducing the resistance
to 2.6 ohms. This load resistance is in parallel with several
parasitic loads (Fig. 19). Among these parasitic loads are
Q1’s output capacitance, Q1’s collector bias network, the
parasitic capacitance of the printed circuit board, and the
capacitance of Q2’s base-emitter junction. At high signal lev-
els, Q2’s input resistance is low, and essentially all of Q1’s
output current is delivered to the desired load. At low signal
levels, Q2’s input resistance is high, and the parasitic ele-
ments tend to shunt current away from the desired load.
This variable current shunting degrades the linearity, so
good linearity requires that these parasitic elements load the
circuit as little as possible.

+8V

Differential
Amplifier

Fig. 18. Linear detector circuit.
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Q1’s output capacitance is minimized by using a common
base configuration. Also, a microwave transistor is used be-
cause of its low capacitance. The load impedance of the
collector bias network is maximized by careful design of the
bias network. The printed circuit board layout is also
carefully designed to make nodal capacitance as small as
possible without sacrificing manufacturability.

The selection of the right transistor for Q2 was perhaps the
most critical component of the design. We needed to use a
microwave transistor to get the low junction capacitance we
wanted. We needed two things from this transistor: a low
base-emitter capacitance and, if possible, a capacitance that
decreases linearly with decreasing collector current. We
wanted this relationship between capacitance and current
because if capacitance decreases linearly with current, then
that capacitance will not degrade the detector’s linearity.
This is because the junction’s capacitive reactance will in-
crease as its resistance increases, and the fraction of current
“stolen” by the capacitor will not vary with signal level. Since
this shunting effect is independent of signal level, it will not
degrade linearity.

It rarely happens, but sometimes semiconductor physics
decides to give you just what you’d like. This is one of those
cases. To a first-order approximation the base-emitter capaci-
tance of a bipolar transistor is linearly proportional to bias
current, at least at moderate current levels. Even better, we
could easily extract this information from a transistor’s data
sheet curves. Low base-emitter capacitance is roughly equiv-
alent to high fr (transition frequency). A capacitance propor-
tional to bias current will reveal itself as a curve of fr that is
flat versus bias current. Theory suggests, and experiment
demonstrated, that the best detector transistors are those that
have a high and relatively constant fr over their entire oper-
ating current range. Unfortunately, most microwave transis-
tor data sheets do not give fr curves over the 100:1 range of

bias currents that we wanted. Fortunately for us, we have a
lot of data books and found some microwave transistors that
met our needs. As expected, the transistors with the best fr
curves yielded the most linear detectors. Typical linearity
error for the detector we selected is shown in Fig. 20.

The detector’s output current flows across R1, generating a
1-volt drop at the maximum input level. Since the other end
of R1 is tied to the 8-volt supply, it is necessary to use a dif-
ferential amplifier to reference the signal to ground. A sim-
pler approach would have been to tie R1 to ground instead
of +8 volts and to tie CR1’s cathode to -8 volts. This would
have eliminated the need for a differential amplifier. But this
would have made it difficult to achieve good pulse fidelity.

Achieving good pulse performance can be hard even with
nominally linear circuits, but it is particularly difficult to do
with inherently nonlinear ones like detectors. These circuits
can exhibit overshoot, droop, or both on any time scale
(microseconds to seconds) if their bias networks are not
designed correctly. If the bias networks exhibit significant
impedance at virtually any frequency below hundreds of
MHz, the bias voltages in the detector can vary with the
input signal, causing imperfections in the detector transient
response. For this reason it seemed risky to try to build a
good enough bypass network that could have presented
CR1’s cathode with uniformly low impedance across a broad
frequency range. Rather than accept this risk, we chose to
ground CR1’s cathode and accept the complexity of a differ-
ential amplifier to recover the detected voltage.

The differential amplifier is integrated with a low-pass filter
that removes the 321.4-MHz component from the half-wave
rectified voltage across R1. This is an elliptic low-pass filter
with a 200-MHz corner frequency. Even though elliptic filters
have notoriously poor pulse response, we can use one here.
We can do this because of the bandwidth limitation imposed
on the input signal by the IF module’s bandpass filters. The
elliptic filter’s bandwidth is four times higher than the effec-
tive postdetection bandwidth of the IF module’s resolution
bandwidth filters. Since these filters prevent the higher-
frequency components from reaching the elliptic filter, only
very low levels of ringing are observed in the detected out-
put. We were able to demonstrate this by simulating the
pulse response of the resolution bandwidth filters cascaded
with an elliptic detector filter. As a result, we avoided the
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Fig. 20. Detector linearity error.
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need for a more complex full-wave rectifier with its inherent
carrier suppression.

Standard IF Outputs

For direct connection to commercial demodulators a 70-MHz
or 140-MHz IF output is required. The HP 70911A offers
either or both of these outputs as options.

A simplified block diagram for these options is shown in
Fig. 21. Both down-converters use the 321.4-MHz local oscil-
lator circuits (described later). This design has a VCO tuning
range sufficient for both down-converters. The LO frequency
for the 70-MHz down-converter is 391.4 MHz and the LO
frequency for the 140-MHz down-converter is 461.4 MHz.
These LO signals are applied to a mixer which has some
buffering in front of it and is followed by an optional filter
and an amplifier. Image rejection filtering is not part of the
design since it is assumed that the variable-bandwidth filters
are in the upstream path. The output filter is used to confine
the output bandwidth to a specified amount.

The same basic design is used for both down-converters.
The key difference is that in the 140-MHz design a pad fol-
lows the mixer, whereas in the 70-MHz design there is a
diplexer at the mixer output, which provides a good out-of-
band impedance match. The 70-MHz design has also been
made available as a special option for the HP 859XE Series
spectrum analyzers.

Channel Filters

The channel filters option provides an electronically switch-
able bank of five bandpass filters and variable gain that can
be used at 70-MHz, 140-MHz, or 160-MHz center frequen-
cies.

The input of the board goes to each filter cell through a
series of GaAs switches and well-isolated stripline 50-ohm
printed circuit board traces. The cells are large enough for a
standard-size printed circuit board-mounted filter. The ma-
chined aluminum shield has pockets on the bottom to keep
the signal pins of the filter isolated from each other. There is
also a through path available for bypassing the filters. After
the switching network, there is a p-i-n diode attenuator that
allows continuous electronic amplitude control. Next, there
is a high-dynamic-range, wide-bandwidth amplifier. The am-
plifier also provides temperature compensation for the gain
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of the board. The compensation is done by using a thermistor
to vary the current in a p-i-n diode which varies the emitter
degeneration impedance with temperature.

The excellent isolation, wide bandwidth, and variable gain
make the channel filters a flexible option for any of the
standard IF outputs.

FM Outputs

The FM discriminator generates an output voltage that is
linearly proportional to the frequency of the input signal. It
is used to demodulate wideband frequency modulated sig-
nals such as those found in satellite television links or chirp
radars.

The key performance specification for the FM discriminator
is linearity. Ideally, the frequency-input-to-voltage-output
transfer function should be a straight line. Our goal was to
make the maximum error from a straight line less than 1% of
the full-scale output across the 40-MHz deviation range of
the demodulator. The techniques used in this design were
driven primarily by that goal.

Many different types of circuits have been designed to do
FM demodulation. There are Foster-Seely discriminators,
ratio detectors, phase-locked and frequency-locked demodu-
lators, and slope detectors. Digital techniques, which count
the zero crossings of the input signal and extract the fre-
quency information mathematically, offer the promise of
the highest linearity. These techniques are used in the

HP 5371A,2 the HP 53301A, and other modulation-domain
analyzers from Hewlett-Packard. Although they achieve ex-
cellent linearity, these products are large and expensive and
certainly would not fit on a single 4-inch-by-7-inch card in
the HP 70911A. For these reasons, it was necessary to pur-
sue a different approach.

Two analog demodulators seemed to offer the best potential
for high linearity across a broad band: a pulse count demod-
ulator and a time-delay discriminator. A pulse count demod-
ulator (Fig. 22) generates a fixed-length output pulse at
every zero crossing of the input signal. Since higher-fre-
quency signals have more zero crossings, the output pulses
occur more frequently. As a result, the dc average value of
the output pulse train is higher for higher-frequency inputs.
The low-pass filter placed after the pulse generator filters out

N
140 MHz
/]

Fig. 21. Simplified block diagram of the
output options for direct connection to
commercial demodulators. (a) 70-MHz IF
output. (b) 140-MHz IF output.
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Fig. 22. Pulse count discriminator.

the carrier frequency component of the pulse train, leaving a
dc value linearly proportional to the input frequency. This
linear conversion of input frequency to output voltage is just
what we needed to build a linear discriminator.

This type of demodulator can be implemented very simply
and inexpensively by using a retriggerable one-shot timer to
generate the output pulses. It does, however, have disadvan-
tages in our application. For one, very narrow pulses would
be required to make this work at 321.4 MHz. Also, these
simple one-shot timers tend to have noisy outputs because
of variations in the width of the output pulse.

A time-delay discriminator works by converting the input
signal’s frequency modulation into phase modulation

(Fig. 23). A delay line delays the input signal by a fixed
amount of time. A phase detector on the delay line output
compares the phase of the input signal against the phase of
the time-delayed version of the input. Since the phase of a
high-frequency signal changes more rapidly than the phase
of a low-frequency signal, the phase difference between the
two inputs to the phase detector will increase linearly with
frequency. The output voltage of the phase detector is pro-
portional to this phase difference and thus, proportional to
the frequency of the input signal. Typically, the length of the
delay line is chosen so that the signal will be delayed 90
degrees at the center frequency of the discriminator. This
gives zero volts dc output at the center frequency and cen-
ters the output in the middle of the phase detector’s transfer
function. This inherently linear conversion of frequency to
phase seemed to make this type of circuit a logical candidate
for our application.

However, this type of discriminator posed two potential dis-
advantages for our application. First, this discriminator is
inherently limited in the maximum frequency deviation and
the maximum modulation rate it can handle. Typical phase
detectors only behave well when the phase difference be-
tween the inputs varies by less than 180 degrees. Because
phase difference is proportional to input frequency, the max-
imum frequency deviation the discriminator can handle is
limited. Also, the sensitivity inherently rolls off at high mod-
ulation rates. In other words, as the input frequency starts to
vary more quickly, the level of the demodulated output will

Time Delay

Low-Pass

Filter
FM Out

Splitter

Fig. 23. Time-delay discriminator.

start to drop. The longer the delay line, the lower the modu-
lation rate at which this will occur. In our case, we need to
demodulate broad frequency deviations and as a result the
maximum delay line length is limited by deviation require-
ments and not modulation rate needs.

The second disadvantage of the time-delay discriminator is
based on phase detector characteristics. Our high IF of 321.4
MHz would suggest using a double-balanced mixer as a
phase detector. Conventional double-balanced mixers are
designed to work with a sinusoidal RF port drive. The result
is that the mixer output voltage varies sinusoidally with the
phase difference between the LO and the RF waveforms
(Fig. 24). Therefore, it is only linear if the phase difference
between the input signals does not vary much from 90
degrees. Since we wanted good linearity, that meant a short
delay line. Unfortunately, the shorter the delay line, the
lower the sensitivity of the discriminator. Short delay lines
mean low phase shifts and therefore low output voltages.
For good signal-to-noise ratio, we wanted to maximize the
time delay.

A double-balanced mixer has a sinusoidal transfer function
because its RF input voltage is sinusoidal. Ideally, if its in-
puts are square waves, the transfer function would be linear
over a 180-degree range. However, generating very fast
square waves is hard, and the mixer would need a very
broadband dc-coupled IF to work well. Fortunately, there is
a type of double-balanced mixer that meets these require-
ments: the exclusive-OR gate. An ideal double-balanced
mixer generates its IF by inverting the RF waveform when-
ever the amplitude of the LO crosses zero (Fig. 25). This is
exactly what a digital exclusive-OR gate does with logic-level
inputs. Thus, with this characteristic an exclusive-OR gate
can be used as a double-balanced mixer.

Because of our high IF and broad frequency range, we
needed to use very fast logic circuitry if we wanted this to
work. Motorola’s ECLinPS Lite family of emitter-coupled
logic turned out to be perfect for our application. These
logic gates come individually packaged in eight-pin small-
outline ICs and feature rise times under 300 picoseconds.
The fast, square pulses generated by this logic are perfect for
making a very linear phase detector.

When logic gates are as small and fast as these, it’s only nat-
ural to use them wherever you can. In the end almost all the
functions on the board including limiting amplifiers, mixers,
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Fig. 24. Transfer function for a double-balanced mixer.
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Fig. 25. Exclusive-OR transfer function.

and phase detectors were implemented using these RF logic
gates. Because of the nature of FM modulation and demodu-
lation, logic parts work well in frequency modulation
applications.

Fig. 26 shows a block diagram of the FM discriminator. The
321.4-MHz input is applied to a limiting amplifier. The limit-
ing amplifier is a high-gain stage that turns the incoming FM
sine wave into a constant-level frequency modulated square
wave. Given that our signal processing is done with logic
parts, we obviously needed something like this to convert
the input into ECL levels.

An ideal FM demodulator is insensitive to amplitude modula-
tion of the input signal. The output voltage should not change
at all when the input amplitude varies. Limiting amplifiers
are used to achieve this. They have high gain and clip the
level of the output signal at a predefined level. Our limiting
amplifiers are implemented with ECL line receivers, which
are differential-input high-gain amplifiers with ECL-level out-
puts. Their high gain and hard limiting allow the FM demod-
ulator to work properly with inputs as low as =30 dBm.

The output of the limiting amplifier is a square wave with a
nominal center frequency of 321.4 MHz. This is mixed
against a 250-MHz LO to a lower frequency of 71.4 MHz,
where the actual demodulation takes place. Originally, the
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Amplifier Lo
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250-MHz
Bandpass
Filter

Limiting
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Fig. 26. FM discriminator block diagram.

100 October 1995 Hewlett-Packard Journal

intent was to do the demodulation at 321.4 MHz. As we bet-
ter understood the problems we faced in trying to achieve
good FM linearity, it became clear that using a lower fre-
quency would produce better results. At a lower frequency,
the period of the IF is longer. The rise time of the parts used
does not change, so overall the square waves are “squarer.”
Our analysis of the time-delay discriminator showed that it
was perfectly linear, but this is true only if the square waves
are perfect.

The use of small surface mount logic parts enabled us to
design compact LO generation and frequency conversion
circuitry. The 250-MHz LO is derived from the 300-MHz ref-
erence frequency available in the HP 70911A. The 300-MHz
signal is converted to ECL levels by a limiting amplifier. The
300-MHz reference clocks a prescaler, which divides the input
frequency by six to produce a 50-MHz output. The 300-MHz
and 50-MHz ECL square waves are then applied to the in-
puts of an ECL exclusive-OR gate. This gate performs as a
double-balanced mixer, producing 250-MHz and 350-MHz
outputs. The 250-MHz output is selected by a bandpass filter.
This filter is ac coupled, so a limiting amplifier is placed on
the output to convert the 250-MHz LO back to ECL levels.

The 250-MHz LO and the 321.4-MHz hard-limited input sig-
nal are then applied to another exclusive-OR gate. This gate
is also used as a double-balanced mixer, producing outputs
at 71.4 MHz and 571.4 MHz. The 71.4-Hz output is selected
with a low-pass filter. The entire LO synthesis and frequency
conversion circuitry occupies only 3 in2.

The use of exclusive-OR gates and square waves, as op-
posed to traditional diode mixers and sine waves, has a sur-
prising consequence. As noted earlier, a traditional diode
mixer has a sinusoidal phase-to-voltage transfer characteris-
tic. As a result, the IF out of an ideal diode ring mixer with
sinusoidal inputs is another sine wave. In contrast, the logic
level mixers we use here have a triangular transfer function.
As a result, the IF output of these mixers is a triangular,
rather than a sinusoidal waveform. In our case, we don’t
care whether it’s sinusoidal or triangular, because we
immediately convert the IF to a square wave with another
limiting amplifier.
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The 71.4-MHz IF is next applied to the discriminator cir-
cuitry. The IF is applied to a special ECL cable driver IC
which produces ECL-type outputs that have a larger than
usual voltage swing. This large voltage swing allows us to
place a series 50-ohm resistor on the output, cutting the sig-
nal amplitude in half. The resistor increases the output im-
pedance of the gate to around 50 ohms, which turns out to
be crucial to achieving good discriminator linearity.

The outputs of the cable driver follow two different paths.
One output goes directly to the input of the phase detector.
The other output goes to a delay line. This delay line is a
19-in-long 50-ohm stripline trace embedded in the middle of
the printed circuit board. Numerous bends and turns
squeeze it into a 1-in-by-3-in area. The board, made out of
HP FR4, has a dielectric constant of about 4.5, yielding a
3.5-ns delay. This delay produces a 90-degree phase shift at
the center frequency of 71.4 MHz.

The delayed and undelayed signals now meet at the phase
detector, which is another exclusive-OR gate. The square
waves are applied to the high-impedance input of the phase
detector through a 50-ohm matching pad. The attenuation
value of this pad is critical to good discriminator linearity. As
mentioned earlier, good square waves are critical for good
FM linearity. The attenuation value chosen strikes a balance
between two “desquaring” mechanisms.

If the attenuation value is small, the delay line output will
not be isolated from the 1-pF input capacitance of the phase
detector. This capacitor degrades the return loss of the delay
line’s load. When a pulse emerges from the delay line output
and hits a poor impedance match, some of the pulse’s en-
ergy is reflected back into the delay line. It then travels
backwards through the line to emerge at the delay line input
3.5-ns later. When the pulse reemerges here, it hits the out-
put of the cable driver. This incident voltage disturbs the
bias of the cable driver output transistors, and as a result
causes disturbances in the shape of the new square wave
that the cable driver is trying to generate. The degraded
shape of the square wave degrades the FM discriminator’s
linearity. As it turns out, this effect is worst when the re-
flected pulse arrives at the cable driver at the edge of a new
pulse. Unfortunately, this inherently occurs at the frequency
where the delay line has 90 degrees of phase shift—right in
the center of the passband. This effect is seen as the linearity
ripple in the center of the passband (Fig. 27).
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Fig. 27. Discriminator linearity error (percent of full scale).

The way to minimize this problem is to use a matching pad
to isolate the delay line from the capacitance of the phase
detector’s input. The attenuation can only be so large be-
cause excessive attenuation introduces other problems. The
attenuator reduces the voltage swing to less than ECL levels.
As a result, the phase detector must provide gain to produce
ECL levels at its output. Unlike the ECL line receivers, these
exclusive-OR gates have a relatively low gain of 12 dB. So,
with low-level inputs, the output pulses of the phase detec-
tor start to look less square. This manifests itself as the
broad, slow droop in the linearity curve. In the end, an at-
tenuation value of 4 dB was chosen as a reasonable compro-
mise between these two linearity degrading mechanisms.

In the frequency domain, the phase detector can be thought
of as producing a dc voltage proportional to the phase dif-
ference between its outputs. Looking at it in the time do-
main is also interesting. The two inputs to the phase detector
are square waves with a fixed time delay of 3.5 ns between
them. As a result, the phase detector produces output pulses
of fixed 3.5-ns width. As the input frequency changes, these
pulses occur more frequently, but the pulse width remains
the same. This is also exactly how the pulse count demodu-
lator works! So as it turns out, by using a linear phase detec-
tor our time delay discriminator turns out to be equivalent to
a pulse count demodulator. It works as well as it does be-
cause using a delay line to fix the output pulse width is
more stable than the RC time constant of a simpler imple-
mentation.

The phase detector outputs are applied to low-pass filters to
remove the ac component of the pulse train. These filters
have a 12-MHz bandwidth that sets the maximum frequency
modulation rate the discriminator can respond to. Since the
phase detector has differential outputs, a differential ampli-
fier is used after the filters. The differential amplifier removes
the dc offset inherent in the ECL level output of the phase
detector. Further gain after the differential amplifier is used
to give a 1-volt swing for a 40-MHz change in input fre-
quency. The maximum frequency deviation the FM discrimi-
nator can handle is limited by the drive capability of this
amplifier, rather than the discriminator circuitry itself. It has
been verified experimentally that the discriminator will re-
spond to as much as 100 MHz of deviation with essentially
nondegraded linearity. A switchable amplifier provides a
higher-sensitivity setting, giving a 1-volt swing for a 10-MHz
frequency change.

I-Q Outputs

The I-Q down-converter (Fig. 28) recovers the in-phase and
quadrature components of the input signal. The IF input,
with a nominal center frequency of 321.4 MHz, is mixed
against a 321.4-MHz local oscillator. This creates an IF with a
nominal center frequency of zero hertz, or dc. The output
bandwidth extends from —50 MHz to +50 MHz.

The input signal is split into two paths. Each of these paths
goes to the RF port of a mixer. The 321.4-MHz LO is applied
to the LO ports of both mixers. The LO input to one of these
mixers is shifted by 90 degrees. The IF outputs are low-pass
filtered to remove the image frequency, then amplified and
sent to the front panel of the HP 70911A.
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321.4-MHz LO. The 321.4-MHz LO produces a synthesized
signal that is locked to the 300-MHz reference signal and
level stabilized (Fig. 29). The LO has a VCO that runs at
twice the output frequency (642.8 MHz). The reason for run-
ning at this frequency is based on the availability of a
600-MHz-to-1000-MHz VCO design that has proven to have
good phase noise and has been in use for some time. The
VCO output is buffered and split into two paths: the main
signal path and the phase-locked loop path. The phase-
locked loop path goes from the splitter to a pad-amplifier-
pad combination to maintain reverse isolation from the pre-
scaler. The prescaler divides the 642.8-MHz signal by 32, 33,
36 or 37. The divide number is controlled by an HP synthe-
sizer IC that implements the fractional-N division. The output
of the synthesizer IC is equal to 300 MHz/160 = 1.875 MHz
when the VCO is phase-locked. This signal goes to one
input of a phase detector. The phase detector output is low-
pass filtered, summed, and fed to an integrator and loop
filter. This is where the synthesizer IC’s noise is filtered. The
noise comes from the method of fractional-N synthesis used
in the IC. This noise is designed to be well outside the few
kilohertz of bandwidth of the phase-locked loop where it is
easy to filter.

The main signal path goes from the splitter to a divide-by-
two IC. This is an ECL part that is biased in the middle of its
threshold to allow for ac coupling of the 642.8-MHz VCO
signal. The output of the divider is 321.4 MHz which is then
input to an amplifier and resistive splitter. The splitter out-
puts are fed to the last gain stages of the board. These am-
plifiers are run well into compression to get a constant out-
put power. The amplifier outputs are combined with a 3-dB
splitter/combiner and then aggressively low-pass filtered to
reject the harmonics produced by the limiting action.
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Fig. 29. Block diagram of the 321.4-MHz LO.
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I-Q Down-Converter. Two key performance specifications for
an I-Q demodulator are amplitude balance and phase bal-
ance. Amplitude imbalance is the gain difference between
the I and Q output ports. Ideally this gain difference should
be zero across the 100-MHz input bandwidth of the demod-
ulator. Phase imbalance is a measure of the error in the
phase shift between the I and Q outputs. Ideally this phase
shift should be 90 degrees across the input bandwidth.

The amplitude and phase balance of the demodulator are
both factory adjusted for best performance. Variable p-i-n
diode attenuators in the I and Q RF paths allow the gain of
the two channels to be adjusted independently. The 90-de-
gree phase shifter on the LO is also adjustable and is used to
align quadrature. These adjustments allow us to align the
channels very closely. The mixers used are purchased as a
matched set, with specified gain and phase matching across
our passband.

The difficult part was maintaining this balance across the
entire 100-MHz input bandwidth of the demodulator. If the
frequency responses of the two channels differ even slightly,
amplitude and phase balance will be degraded. For this rea-
son, we tried to make the two channels as symmetrical as
possible and as flat as possible. The printed circuit board
layout of the RF paths for both channels is identical so that
any board parasitics will be the same for both channels. The
IF circuitry was designed to be as broadband as possible.
For example, the IF low-pass filters have a corner frequency
of 175 MHz, even though they only need to pass frequencies
as high as 50 MHz. The corner frequency was placed this
high to minimize the filter’s phase shift in the 50-MHz pass-
band. Our IF amplifiers are fast op amps that provide over
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Fig. 30. (a) I-Q quadrature phase error. (b) I-Q amplitude imbalance.

200 MHz of bandwidth. These op amps are also used to
minimize the phase shift in the 50-MHz passband. If these
parts have significant phase shift, then there are likely to be
significant phase shift differences between the two channels,
and phase balance will be degraded. Representative perfor-
mance for the I-Q demodulator is shown in Fig. 30.

To achieve the best phase balance across our bandwidth, an
adjustable all-pass filter is used on the I-channel output. The
phase shift versus frequency of this circuit is adjustable. It is

used to compensate for mismatches between the channels in
phase shift as a function of output frequency.
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